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Abstract— This paper presents time-interleaving as an 

approach to improve the performance of programmable receiver 

front ends based on Filtering-by-Aliasing (FA). Using two parallel 

periodically time-varying paths, a sharp programmable filtering 

response is produced at RF, while achieving a good wideband S11. 

The implemented receiver achieved a filter stop-band suppression 

of 70dB with only 4×BW transition bandwidth, while S11 is better 

than -10dB throughout most of the LO range. Analysis for 

achieved S11 and noise figure are shown, while detailing methods 

to improve filtering performance in presence of important circuit 

parasitics. The effect of mismatches between time-interleaved 

paths is also analyzed and quantified. 

 
Index Terms—Programmable receiver, mixer-first receiver, 

analog-FIR filter, sampled LPTV circuit, linear periodically time 

varying, high linearity, impedance matching, software-defined 

radio, passive mixer, time-interleaving 

 

I. INTRODUCTION 

RANSCEIVER designs have gradually evolved towards 

more programmability. The plethora of frequency bands 

that need to be supported in modern communication systems 

increasingly necessitate each transceiver to be built as a 

software-defined radio (SDR) [1]. In fact, radio concepts such 

as cognitive radios (CRs) [2] rely on such wide 

reconfigurability. While conventional radio front ends that use 

inductors and off-chip SAW/BAW filters have limited 

tunability, recent research has produced several approaches, 

such as discrete-time (DT) charge-domain signal processing [2-

4], N-path filtering [4-9], and the related mixer-first receiver 

topology [10-15] to attain wide reconfigurability. Nevertheless, 

these approaches are generally limited in either linearity, 

impedance matching, or close-in blocker filtering. Hence, new 

approaches are necessary to solve this problem. 

The concept of Filtering-by-Aliasing (FA) was recently 

proposed to achieve sharp anti-alias filtering [16]. The input to 

a sampler is multiplied with a periodic signal such that it is 

spread in the frequency domain. By choosing the periodic 

signal appropriately, it can be ensured that spread copies of out-
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of-band (OOB) signals cancel at the output of the sampler due 

to aliasing, leading to the moniker “Filtering-by-Aliasing”. This 

concept was recently used in a receiver front end [17]. The 

receiver achieved sharp programmable filtering at RF, while 

maintaining linearity in the presence of close-in blockers by 

incorporating a mixer into a sampled integrate-and-dump 

circuit as shown in Fig. 1. By appropriately choosing the 

periodically time-varying resistor, R(t)=R(t-Ts), an equivalent 

low-pass analog-FIR filter is realized from the input to the 

sampled output with the desired impulse response, g(τ), that can 

be upconverted to a desired center frequency by choosing the 

LO frequency of the additional mixer in series with R(t). 

It was shown that by appropriately constraining the 

resistance variation, R(t), a good wideband S11 is achievable 

[18]. Nevertheless, the filter stop-band suppression (Astop) is 

limited due to the additional S11 requirements (in the example 

in Fig. 2(a), Astop reduces from 60dB to 40dB with S11 

constraints for Ts=0.1µs). The inherent sampling implies that 

the residual blockers alias in-band and cannot be further 

suppressed by additional filtering. For example, with the 3-tone 

input in Fig. 2(b), the 0dBm OOB blocker at 50MHz is only 

attenuated by 40dB before aliasing and falling on top of the in-

band DC signal corrupting it. While Astop can be potentially 

improved by increasing the length of g(τ), this requires 

increasing the output sampling period, Ts, in the circuit in Fig. 

1 resulting in extra unfiltered aliasing bands. For example, 

doubling Ts to 0.2µs increases Astop to 120dB (ignoring S11 
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Fig. 1.  The simple LPTV circuit used by the FA-based receiver in [17]. 
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constraints), but the 2.5 to 5MHz band aliases in-band as shown 

in Fig. 2(a). In the example in Fig. 2(b), this results in the 5MHz 

signal aliasing to DC, corrupting the in-band DC signal. Hence, 

an alternate method is needed to increase the filter length. 

This paper details how time-interleaving can be applied to 

increase the filter length, while maintaining a sufficient output 

sampling rate. For example, in Fig. 2(b) the overall output 

sampling period can remain at 0.1µs (like in the original non-

interleaved filter) by time-interleaving 2 paths each sampled 

with period 0.2 µs, and so the 5MHz signal no longer aliases to 

DC. As demonstrated in [19], time-interleaving allows for 

sharper filters with Astop of up to 70dB without sacrificing 

linearity or noise figure (NF), while simultaneously achieving 

a good S11. Section II develops time-interleaved FA and its 

realization in a receiver front end along with analysis for 

impedance matching and noise. Section III describes details of 

the circuit implementation and discusses important circuit non-

idealities. Section IV discusses the measurement results from a 

fabricated prototype, followed by conclusions in Section V. 

II. TIME-INTERLEAVED FA AND RECEIVER TOPOLOGY 

Time-interleaving (or poly-phasing) is an increasingly 

popular technique used to increase the effective rate of 

operation of systems such as data converters, integration 

samplers, digital filters, etc. The concept is to simply time-

multiplex multiple identical copies of a single system. Different 

copies are run by uniformly phase-shifted versions of a low-rate 

clock, but the time-multiplexed output effectively comes from 

a higher clock rate system. For example, consider the block 

diagram in Fig. 3, where each filter, g(τ), is like the filter from 

Fig. 1. Note that since the output of each filter is sampled with 

period 2Ts, their lengths are 2Ts as well. However, if the 

sampling clocks (and corresponding variations and clocks in 

each filter) are offset from each other by Ts, then the effective 

sampling period is Ts. Hence, the filter length is doubled while 

maintaining output sampling rate.  

A. Circuit Implementation  

An example time-interleaved FA system can be achieved 

using the circuit shown in Fig. 4. By utilizing two sampled 

integrate-and-dump circuits that are connected together at the 

source (antenna), each with sampling clocks and resistance 

variations that are time-shifted by Ts with respect to each other, 

the block diagram in Fig. 3 is realized. Note that the resistance 

variation, R(t), is periodic with period 2Ts that is the sampling 

period in each path (the input impedance of the integrator is also 

included as part of R(t)). Then the output voltages can be 

calculated as: 
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The currents can be simply calculated to be 
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Using (1) and (2), and using the fact that R(t)= R(t-2Ts), it can 
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 (3) 

is the realized baseband FIR filter with length 2Ts (Note that 

longer filter lengths can be achieved by interleaving more paths. 

For example, for M-way time-interleaving M paths are present 

(with upfront resistances R(t), R(t-Ts), ..., R(t-(M-1)Ts) where 

R(t)=R(t-MTs)), each sampled with period MTs in a time-

interleaved fashion, thus realizing a filter g(τ) with length MTs). 

The filter can then be designed as low-pass filters using digital 

FIR filter design techniques. This work uses linear optimization 

to generate such filters. Finally, N-phase passive mixers can be 
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Fig. 2.  (a) Limitations of the FA-based LPTV receiver in Fig. 1 due to S11 

constraint and restricted filter length/output sampling rate. (b) Frequency 

spectrum of sampled output for different cases for an example 3-tone input. 
  


 

Fig. 3.  Block diagram of a 2-way time-interleaved Filtering-by-Aliasing 

system. 

  

 
Fig. 4.  Implementation of the baseband of the 2-way time-interleaved FA-

based receiver based on two integrate-and-dump circuits. 
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embedded into each time-interleaved path to achieve desired 

bandpass filters (this work utilizes 4-phase mixers like in [17]). 

B. Impedance Matching 

For the circuit in Fig. 4, the input impedance at any time 

instant is simply given by the parallel combination of time-

varying resistances, R(t) and R(t-Ts) (which should include the 

op-amp input impedance and series impedances such as, for 

example, mixer switch resistance). Hence using the expression 

in Fig. 1, the S11 is given by 

 
11
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  (4)  

Note that the expression for S11 can be derived from basic 

relations between the incident and reflected voltages or using 

the concept of conversion matrices as shown in [18] and [20], 

respectively. Using (3), (4) can be simplified to give: 

 ( ) ( ) ( )11 1 2 0 .s s sS R C mean g g T T  = − + +       (5) 

The above expression is similar to the non-interleaved case 

[18], except for the additional term g(τ+Ts). In fact, for an M-

way time-interleaved case the S11 can be similarly shown to be 
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In practice, this makes impedance matching far simpler with 

time-interleaving for any g(τ) [20]. For example, consider the 

filter to be a triangular window. For the non-interleaved case, 

such a filter required the minimum value attainable by R(t), 

Rmin, to be 0 to achieve S11=0. However, Rmin is usually set by 

other design constraints such as area/power [18]. In the 2-way 

time-interleaved case, the triangular window implemented as 
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only requires Rmin= Rs while achieving S11=0. This is far easier 

to implement given area/power constraints. 

(5) can be further simplified by using the fact that FIR low-

pass impulse responses peak at the center, and are small towards 

the edges, i.e. for (3) g(Ts) g(0) ≈ 0. In that case, the 

minimum value attainable by R(t), Rmin, will be used at the peak 

of g(τ), i.e. R(Ts)= Rmin and R(0) →ꝏ, and so 

 ( ) ( ) ( )
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1
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+

 

where gmax is the peak value of the impulse response, g(τ). 

Hence, (5) can be expressed in terms of the normalized impulse 

response ( ) ( ) /max

norm maxg g g =  as 
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Using (6), an additional constraint |S11| ≤ β can be added to the 

filter design problem, where β is the desired S11. In practice, the 

S11 constraint has negligible effect on the filters obtained for 

reasonable values of Rmin. Figure 5 shows a filter designed with 

a desired S11 of -20dB with and without time-interleaving for 

Rs=50Ω, and Rmin=27Ω (similar to the implementation in this 

work). Up to 120dB of filter suppression can be achieved in this 

case, compared to only 40dB without time-interleaving. This is 

clear from the resistance variations, where the parallel 

combination easily manages to stay around 50Ω like the non-

interleaved case, but the resistance variation, R(t), itself can 

vary a lot more. Nevertheless, the actual suppression is limited 

by the accuracy of the resistance variation, R(t). An accuracy of 

about 10 bits is necessary for attaining Astop>70dB. 

C. Noise Figure 

The noise performance of the receiver can be analyzed based 

on the circuit shown in Fig. 6. The op-amps are considered to 

be simple gm stages. Assuming the excess noise factor γ=1, the 

op-amp input-referred noise voltages and input impedances 

(1/gm) can be lumped with the time-varying resistances [18]. 
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Fig. 7.  Calculated baseband output noise PSDs and corresponding noise figure 

for the filter shown in Fig. 5. 

  

 
Fig. 6.  Equivalent circuit for analysis of noise in the baseband of the receiver. 
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frequency responses for different accuracies of implementation of R(t). 
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Hence, the noise sources considered are vs(t), vn1(t) and vn2(t) 

corresponding to the source, Rs, and time-varying resistances, 

R(t) and R(t-Ts), respectively. The noise sources are considered 

white and Gaussian with autocorrelations: 
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From (7) and (8), the autocorrelation of the output voltage 

samples can be calculated (similar to Appendix A in [18]) to be 

(9) as shown in the bottom of this page. 

 In (9), the first term in the numerator in each equation 

corresponds to noise from Rs, the second to noise from R(t-Ts), 

and the last to the noise from R(t). The autocorrelation, Roo[k] 

is non-zero only for sample delays |k| ≤ 1. This is intuitive since 

the noise contribution to output samples in each path are from 

independent values of the noise sources (the only memory in 

the system is due to the load capacitor that is reset after every 

sample). While the two paths do interact for adjacent samples 

(since both are operational at the same time), in practice the 

effect is small. For example, for the filter in Fig. 5, the ratio 

|Roo[1]/Roo[0]| < 1%. This is because the paths interact only 

when R(t) ≈ R(t- Ts) that happens only for a short period of time. 

 To compute the noise figure, the noise power spectral density 

(PSD) can be calculated from the autocorrelation. The noise 

figure contribution due to aliasing (because of sampling), 

Faliasing(Δf), can be calculated by computing the noise PSD due 

to noise from Rs alone, ( )
s

R
PSD f  (computed from the 

autocorrelation with only the first term in the numerator in each 

equation in (9)), and comparing it with the PSD when the noise 

of Rs simply passes through the filter without aliasing, i.e. 
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where G(f) is the frequency response of the filter, g(τ). Note that 

( )
s

R
PSD f  can also be calculated from G(f) directly as [18] 
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Similarly, the noise figure contribution of the time-varying 

resistances can be computed by calculating the total PSD using 

all terms in (9), and comparing it with ( )
s

R
PSD f , i.e. 
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Finally, when operated as a bandpass filter with a 4-phase 25% 

duty-cycle mixer, the noise figure degradation due to LO 

harmonics must be added as well as is given by [12] 

 ( )2
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 Thus, the total noise figure of the receiver is given by 
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Fig. 8.  Block diagram of the implemented receiver front end. 
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Figure 7 shows the calculated PSDs of the impedance-

matched filter shown in Fig. 5. It can be seen that F(Δf)|dB ≈ 

3.4dB, and Faliasing(Δf=0)|dB = 0.7dB. The total PSD is almost 

white, and F(Δf) is almost constant across Δf. This confirms that 

the correlation between samples is small, and in fact F(Δf) can 

be approximated by the non-interleaved case (where the PSDs 

are white) to give [18] 

 
( )

( )

2

2

( ) / ( )
( ) 1 .

1/ ( )

s

s s

mean R t R R t
F f

R mean R R t

 +
   +

 +
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  (14) 

This evaluates to 3.52dB that is an error of <0.2dB. It may be 

noted that S11 constraints will limit NF to be above 3dB [18] 

(similar to the main path of the noise-cancelling mixer-first 

receiver [12]). Noise cancellation methods can be employed to 

reduce the NF but are beyond the scope of this paper. 

 Figure 7 also shows the calculated NF along with simulated 

and measurement results for Fs=10MHz and Flo=500MHz, with 

Fbaseband(Δf)=F(Δf)×Faliasing(Δf). The calculated average NF 

across frequencies is 5.8dB (the filter droop across the band is 

about 2.5dB). The results match well with calculations, with an 

additional ~0.5dB degradation observed in simulations due to 

input parasitic capacitance. The simulation results show a subtle 

phenomenon with flicker noise – since the two time-interleaved 

paths don’t interact strongly, flicker noise from the baseband 

op-amp only appear in its corresponding path, i.e., each op-

amp’s flicker noise appear at the final output only during either 

odd or even-numbered samples. Thus, half of flicker noise 

power is shifted up to half of the net output sampling frequency 

(Fs/2=5MHz), thus reducing flicker noise corner frequency by 

half compared to the non-interleaved case [18]. In Fig. 7, the 

corner frequency is ~30kHz. 

III. IMPLEMENTATION AND NON-IDEALITIES 

The block diagram of the implemented RF front end is shown 

in Fig. 8. The 50Ω input is converted to a differential 100Ω 

input using an external 1: 2  balun transformer. The receiver 

IC consists of two identical time-interleaved paths. In each path 

the differential balun output is connected to a pair of LPTV 

resistors, R(t), that are built as nominally 13b binary-scaled 

resistor DACs (RDACs). The RDAC control bits are periodic 

with the period, 2Ts, and are generated from an on-chip register-

based memory that is read out cyclically based on the input 

clock, Fck. In each path, a set of dummy RDACs (identical to 

the main RDACs, but with all switches turned OFF) are 

connected across the main RDACs in a cross-coupled fashion. 

This arrangement can be shown to improve the dynamic range 

of the RDACs. 

 In each path, the differential RF current is mixed down to 

baseband by a set of 25% duty-cycle mixer switches switching 

at the LO frequency, Flo, that realizes a 4-phase mixer. The 

mixer switches use transmission gates with equal-sized PMOS 

and NMOS devices (to minimize LO feed-through and charge 

injection) and have a resistance of about 3Ω. The baseband 

integrate-and-dump blocks utilize self-biased inverter-based 

op-amps, with sampling and reset clocks generated by dividing 

the input clock, Fck. Each capacitor bank, C, is built as a ping-

pong structure, allowing one capacitor to be connected across 

the op-amp, while the voltage stored on the other can read and 

reset using the clocks shown. The capacitor banks use MIM 

capacitors and are tunable from 10-70pF to allow for a wide 

range of filter bandwidths, and their parasitics have no 

noticeable effect on performance. The op-amps themselves are 

self-biased due to the ping-pong action. Each op-amp consists 

of high-Vt PMOS and NMOS devices of length 180nm to 

increase gain to about 35dB and to reduce the flicker noise 

corner, and has a transconductance, gm, of 125mS. The gm is 

chosen to minimize noise figure contribution, as well as to 

minimize the op-amp input impedance (1/gm), thus reducing the 

minimum resistance achievable at the front end, Rmin, to aid in 

impedance-matching (op-amp gain, and gm do not significantly 

affect Astop [18]). To achieve the time-interleaving operation the 

RDAC controls and the sampling and reset clocks for the two 

paths are offset in time by Ts. Each path can be turned ON or 

OFF independently to test for non-interleaved operation. The 

LO switches connected to the negative input can also be turned 

OFF for single-ended operation.  

The most important non-idealities are now considered and 

their effects shown. 
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Fig. 10.  (a) Alleviation of parasitic Cds capacitance using cross-coupled dummy 
RDACs. (b) Measured improvement in the filter magnitude response due to 

addition of cross-coupled dummy RDACs. 

  



 
Fig. 9.  Schematic of the 13-bit resistor DAC with annotated Cds parasitic 

capacitance. 
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A. RDAC Parasitics 

The heart of the receiver front end are the 13-bit RDACs 

shown in Fig. 9. As shown, the RDAC is implemented in a 

binary-scaled fashion, with each branch consisting of an rppoly 

resistor, R, in series with a transmission gate control switch 

(with equal-sized PMOS and NMOS devices) with resistance, 

Rsw. The minimum RDAC resistance was designed to be about 

15.7Ω. Rsw:R was set to 1:4 as a trade-off between linearity, 

switch parasitics, and power consumption.  

As discussed in [18], the primary contributor to lower Astop is 

the Cds capacitance that is present mainly present due to routing. 

As shown in Fig. 9, when the RDAC is set to a resistor code of 

n, the ON-paths contribute to give the desired resistance of R/n. 

However, the OFF-path Cds capacitance add in parallel to give 

a capacitance of (213-n)Cds, thus leading to a corner frequency 

of 

 
13

1

2
corner

ds

n

n RC
 =

−
  (15) 

Note that ωcorner reduces for smaller n, and so the RDAC does 

not realize large resistance values. Hence the RDAC dynamic 

range is degraded, leading to lower Astop (a dynamic range of 

~10b is needed for Astop>70dB as shown in Fig. 5). 

  To alleviate this problem, consider the differential circuit in 

Fig. 10(a). The main RDACs are set to a code, n, while the 

additional dummy RDACs (connected in a cross-coupled 

fashion) are OFF, i.e. set to a code of 0. From the equivalent 

circuit, it can be seen that the differential output current is given 

by 

 
ds

n dv
i v nC

R dt
= −   (16) 

This is because parasitic currents drawn by a capacitance of 

213Cds in the main RDACs simply circulate through the cross-

coupled dummy RDACs. Thus, 213Cds of parasitic capacitance 

in the main RDACs are neutralized, implying that the 

equivalent circuit can be drawn as the final circuit in Fig. 10(a). 

Thus, the corner frequency of the RDACs now become 

 
1

corner

dsRC
 =   (17) 

that is constant with respect to code, n. Moreover, this corner 

frequency is typically much higher than the frequency range of 

interest and so RDAC dynamic range is restored. Measurement 

results for an example filter shown in Fig. 10(b) confirm the 

utility of this technique, with Astop improved by 17dB. Note that 

this technique will work with a single-ended input as well, i.e., 

without the negative input and the RDACs connected to it. The 

output differential current in the single-ended case can also be 

verified to be given by (16).   

B. Path Mismatches 

Figure 11(a) shows important sources of mismatch in the 

time-interleaved implementation. The time-varying resistance 

values, R1(t) and R2(t) are nominally equal to their ideal value 

R(t) (as are capacitors C1 and C2 to C), but can be unequal due 

to random or systematic mismatch between RDACs leading to 

gain mismatch between paths. Further, the timing offset 

between the resistance variations can be slightly skewed to 

Ts+ΔT with ΔT (ideally 0) being the timing skew. Similarly, the 

LO signals may be skewed by ΔTlo between paths as well. This 

results in slightly mismatched baseband impulse responses in 

the two paths (instead of g(τ) from (3)) given by 

   

   

2
1

1 2 1 2 1

1
2

1 2 1 2 2

( ) 1
( )

( ) ( ) ( ) || ( )
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( ) 0 2 ,

( ) ( ) ( ) || ( )

s

s s s
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s
s

s s s

R T T
g

R R T T R R R T T C

R T e
g T
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




   


 

   

− + 
=

− + − +  + − − + 

−
=  

− + − +  + − − + 

(18)  

where ϕ is the phase offset introduced due to LO mismatch. 

These can be further expressed as shown in Fig. 11(a) with 
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Fig. 12.  (a) Desired and image filter responses with 13b RDACs calibrated to 

10b accuracy. (b) Effect of random resistance mismatch on filter suppression 

due to limited calibration accuracy of 13b RDACs. 
  

0.05 0.5 5 50
-140

-120

-100

-80

-60

-40

-20

0

Frequency (f/F
s
)

R
e
la

ti
v
e
 M

a
g
n
it
u
d
e
 (

d
B

)

 

 

G(f) - Ideal

G

(f)

G

(f)

In-band Stop-band

0.1 1 10
-120

-100

-80

-60

-40

-20

0

Mismatch (%)

W
o

rs
t-

c
a

s
e

 S
u

p
p

re
s
s
io

n
 (

d
B

)

 

 

G


(f) - Stop-band

G

(f) - Stop-band

G

(f) - In-band

 
Fig. 13.  (a) Desired and image filter responses with mismatch αR=2% between 

RDACs. (b) Effect of systematic resistance mismatch between RDACs on filter 
performance. 
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Fig. 11. (a) Model to analyze the effect of circuit mismatches on the filter. (b) Example of effect of mismatches on an in-band signal. 
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( ) ( )

( )
( ) ( )1 2 1 2

, ,
2 2

g g g g
g g

   
  

+ −
= =   (19) 

where gΣ(τ) is the desired filter impulse response (ideally equals 

g(τ) from (3)), and gΔ(τ) is the undesired image filter response 

that results due to the imperfect cancellation of aliasing images 

(like in case of mismatch in a time-interleaved ADC). While the 

desired filter, gΣ(τ), filters the input and aliases to the ideal sub-

sampled discrete-time frequency, ωdes, the undesired image 

filter, gΔ(τ), aliases the filtered signal to the image frequency of 

(ωdes±π). Figure 11(b) shows the effect of these filters on an 

example in-band signal. The difference in gain between the 

desired and image filters gives the image suppression of the 

system. Since the image for an in-band signal is the signal itself, 

the in-band image suppression required is typically determined 

by the overall signal-to-noise ratio (SNR) requirement of the 

system (typically 30dB or more is sufficient). In the stop-band, 

both the desired and image filters should attain the desired Astop. 

Thus, the effects of various mismatches can be quantified 

through the frequency responses of the filters, gΣ(τ) and gΔ(τ).  

 

1) RDAC Resistance Mismatch 

The binary-scaled RDACs are built as parallel combination 

of unit cells that can be expected to be randomly mismatched. 

Hence the RDACs have to be calibrated to achieve the accuracy 

required for Astop of 70dB. To model the effect of calibration, 

random RDAC code vs. resistance curves are generated such 

that for a code of n, the resistance produced by the RDAC is 

modeled to be R/k, where k is uniformly distributed in [n - Δ/2, 

n + Δ/2], with Δ set by the calibration accuracy (ideally a 

truncated Gaussian, uniform distribution is a worst-case 

approximation). For example, in an M-bit RDAC calibrated to 

B bits of accuracy, Δ=2M-B. Using such a model and the ideal 

resistance codes, the filters from (18) and thereafter (19) can be 

calculated for generating their frequency responses.  

As an example, Fig. 12(a) shows the frequency responses for 

a randomly generated case of 13-bit RDACs calibrated to 10-

bit accuracy. Comparing the filter, G(f) obtained for ideal 13-

bit RDACs to the desired GƩ(f), it is seen that Astop worsens due 

to mismatch. The stop-band achieved is similar to that of the 

image filter, GΔ(f). Figure 12(b) plots the variation of mean 

worst-case suppression in the stop-band for GƩ(f) and GΔ(f), and 

mean worst-case suppression in-band for GΔ(f) averaged over 

1000 randomly generated RDAC profiles (for each accuracy 

level) for 13-bit RDACs. Astop worsens by ~6dB when precision 

reduces by 1 bit (expected due to additional quantization noise 

introduced in the filter impulse responses). To achieve Astop 

better than 70dB, more than 9 bits of accuracy is necessary. This 

is identical to the RDAC accuracy requirement noted in Fig. 5. 

A second concern in terms of RDAC resistance values is 

systematic mismatch between RDACs in the two time-

interleaved paths. For example, consider a systematic mismatch 

of αR between R1(t) and R2(t) in Fig. 11, i.e. R2(t)/R1(t)=(1-

αR/2)/(1+αR/2). The effect of such an offset on the filters can be 

easily calculated using (18) and (19). For example, Fig. 13(a) 

shows the case for αR=2%. It is seen that while stop-band 

suppression is unaffected, the suppression of the image filter, 

GΔ(f), in-band is much lower than for random variation. 

Nevertheless, the required in-band suppression is much lower 

in general, since the aliasing band is the wanted signal band 

itself (as described previously). Figure 13(b) plots the variation 

of worst-case suppression for the desired and undesired filters 

as a function of αR calculated using (18). To maintain in-band 

image suppression above 40dB, αR should be below 3%. RDAC 

calibration should alleviate systematic mismatch as well. 

The effect of mismatch between RDACs is hard to calculate 

without resorting to explicit calculations using (18) as the gain 

mismatch is periodically time-varying. On the other hand, the 

effect of capacitor mismatch is far easier to calculate. A 

mismatch of αC between C1 and C2, i.e. C2/C1=(1–

αC/2)/(1+αC/2) gives 

 2

1

1 / 2( ) ( )
.

( ) 1 / 2 ( ) 2

C C

C

g g

g g

  

  




+
=  = −

−
  (20) 

Thus, to maintain in-band image suppression above 40dB, αC 

should be below 2%. Further, such a constant gain mismatch 

can be easily corrected at the output samples of each path.  

 

2) Timing Skew between RDACs 

 Timing skew between RDAC controls of the two time-

interleaved paths can have a severe impact on the image filter. 

For example, Fig. 14(a) shows the effect of a timing skew of ΔT 

that is 0.5% the net sampling period, Ts, explicitly calculated 

with (18). Like the case of systematic RDAC mismatch, the 

stop-band suppression is unaffected but the in-band suppression 

of the image filter, GΔ(f), is only about 45dB (sufficient for 

typical SNR requirements). Figure 14(b) plots the variation of 

worst-case suppression for the desired and undesired filters as 

a function of percentage timing skew. It can be seen that to 

maintain in-band image suppression above 40dB, skew of less 

than 1% is necessary. 

The effect of the skew can be approximated by assuming that 

for small ΔT, the interactions between paths are unaffected (i.e. 

R2(τ+ΔT)≈R2(τ) in g1(τ) and R1(τ)≈R1(τ+ΔT) in g2(τ) to imply 
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Fig. 14.  (a) Desired and image filter responses with timing skew of 0.5% of 
sampling period between RDAC controls of the two paths. (b) Effect of timing 

skew between RDAC controls of the two paths on filter performance.  
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Fig. 15.  (a) Desired and image baseband filter responses with timing skew of 

0.25% of LO period between LO signals of the two paths. (b) Effect of timing 
skew between LO signals of the two paths on filter performance.  
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that for a given path under consideration, the resistance 

variation in the other path is similarly skewed in time so that 

interaction with it is unchanged). This simply means that the 

impulse responses themselves are delayed, giving 

1 2( ) ( ), ( ) ( ) ( ) ( )

( )
( ) ( ), ( ) ( ) .

2 ( )

d
g g g g T g T g

d

G fT d
g g g g j f T

d G f

     


    



 



  −   − 


   ⎯⎯→  

 

This explains the in-band first-order high-pass shape of the 

image filter seen in Fig. 14(a). To calculate the peak amplitude 

of GΔ(f) it may be noted that GƩ(f) is designed to be flat up to 

Fs/2 (where it has relative gain of ≈ -3dB) before falling sharply. 

Thus GΔ(f) peaks at ≈Fs/2 with a peak relative gain of 

 ( )10max
( ) 20log / 2 3 dB.sG f F T   −  

  (21) 

This result matches Fig. 14(b), with the calculated image 

suppression being 39dB for ΔT=Ts/100. While considering the 

issue of timing skew, it must be noted that the RDAC controls 

are switched at a clock frequency, Fck. Hence, the RDAC 

controls can be easily shifted in steps of Tck=1/Fck to achieve a 

maximum skew of Tck/2. Thus, if Tck/Ts≤2%, i.e. an 

oversampling factor (Ts/Tck) of 50 or more, image suppression 

is ensured to be better than 39dB. Generally, Fck is decided 

based on the suppression desired for the passband image 

generated at a frequency offset of Fck in the filter frequency 

response due to sampled-and-held implementation of resistance 

variations [18]. Therefore, timing skew introduces an additional 

constraint on the choice of Fck.  

 

3) LO Mismatch between Paths 

Finally, timing skew between LO signals of the two paths 

may also contribute to unwanted images in the output. Figure 

15(a) shows the effect of a timing skew of ΔTlo that is 0.25% of 

the LO period. The LO signals are assumed to be ideal 25% 

duty-cycle square-wave signals, and the filters shown are the 

baseband equivalent filters of the bandpass filters obtained at 

the LO fundamental frequency. In this case, the desired filter, 

GΣ(f), seems unaffected, and the magnitude of the image filter, 

GΔ(f), appears to be the same as GΣ(f), but shifted down by 

about 40dB. Figure 15(b) plots the variation of worst-case 

suppression for the desired and undesired filters as a function 

of percentage timing skew. It can be seen that to maintain in-

band image suppression above 40dB, skew of less than 0.3% is 

necessary. The effect of LO skew can also be easily calculated 

by noting that it only introduces a phase rotation in the 

corresponding baseband equivalent filter. Hence, for the LO 

frequency of Flo, the phase shift at the fundamental due to skew 

is given by ϕ=2πFloΔTlo. Thus, the baseband filters are given by 

1

2

( ) ( ) 2 ( ) (1 ) ( )

( ) ( ) 2 ( ) (1 ) ( ).

j

j j

g g g e g

g e g g e g
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This shows why the magnitudes of GΣ(f) and GΔ(f) are identical, 

except for a gain shift. For small ϕ, 

 ( )
.

( ) 2

g
j

g

 






 −   (22) 

Hence, for 40dB image suppression, ϕ has to be about 1.15o or 

0.32%. Nevertheless, a known constant LO skew can be easily 

corrected for by phase rotating the output samples of the 

corresponding path. 

IV. MEASUREMENT RESULTS 

 The receiver front end IC was fabricated in TSMC 1P6M 

65nm CMOS process and was packaged in a 40-pin 5mm×5mm 

QFN package. Figure 16 shows the micrograph of the 

implemented IC. It has an active area of 2.3mm2, of which 70% 

is occupied by capacitors. The capacitor area can be 

significantly reduced when designed for operation with only 

higher filter bandwidths.     

  A supply voltage of 1.2V is used for the op-amps, the LO 

dividers, as well as the drivers for controlling the resistor DAC 

and LO switches. The DC bias of the entire chain is set to 

around 0.6V due to the op-amp biasing at reset. The rest of the 

circuitry runs on a 1V supply. For a 10MHz bandwidth (BW) 

filter centered on Flo=500MHz, a current of 64.7mA is drawn 

from the 1.2V supply, with each op-amp consuming 6.5mA, the 

LO divider and switch drivers consuming about 12.7mA, while 

the other digital blocks draw 7.75mA from the 1V supply for a 

nominal clock frequency of Fck=1GHz. The system was verified 

to work up to Fck =2GHz for use with higher filter bandwidths.     

 The sampled-and-held outputs of the time-interleaved paths 

are buffered and combined externally for measurements. Figure 

17(a) shows the measured filter responses in three different 
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Fig. 17.  (a) Measured 10MHz RF BW (5MHz baseband BW) filter responses. 

(b) Filter 3 responses for BW tuned from 2.5-40MHz. (c) Filter 3 responses for 
the LO frequency varied from 0.1-1GHz. 
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Fig. 16.  Chip micrograph. 

  



IEEE JOURNAL OF SOLID-STATE CIRCUITS 

 
9 

time-interleaved 10MHz BW filter configurations (filters 1-3) 

that vary in transition BW and attenuation. The transition BWs 

for filters 1, 2, and 3 were 17MHz, 25MHz, and 40MHz 

respectively, while the achieved stop-band rejection was 

observed to be better than 45dB, 58dB, and 70dB respectively. 

In comparison, the measured non-interleaved filter achieved a 

stop-band rejection of only 40dB with a transition BW of 

35MHz. The filter BW was varied from 2.5-40MHz by varying 

Ts, and the results are shown in Fig. 17(b). The receiver gain 

obtained for the 10MHz BW filter with C=70pF was 23dB. The 

gain scales linearly with Ts and inversely with C. Flo was also 

varied from 100MHz to 1GHz as shown in Fig. 17(c). The gain 

reduced by ~4dB from Flo =100MHz to 1GHz.    

   Figure 18 shows measured image filter responses 

(normalized to peak of corresponding desired filter responses) 

with the most stringent filter 3 configuration, all with 5MHz 

baseband BW (Ts=100ns). Figure 18(a) shows that the baseband 

filter by itself has at least ~46dB image rejection that improves 

to ~50dB at DC. Shifting the RDAC control codes of one path 

by Ts/50 and its multiples worsens image rejection (as is 

expected due to the intentionally introduced timing skew). 

Image rejection degrades to ~31dB and ~25dB for shifts of 

Ts/50 and Ts/25, respectively, matching calculations in Fig. 

14(b) and from (21). Figure 18(b) shows the image filter for an 

RF filter with Flo=500MHz. Image rejection degrades to ~39dB 

due to LO phase mismatches. Note that the image filter upper 

and lower sidebands are not identical due to the interaction 

between effects of timing skews in LO and RDAC controls. 

Finally, Fig. 18(c) shows the variation of worst-case image 

rejection with Flo. The rejection degrades with higher Flo that is 

expected for a fixed timing skew between paths. The worst-case 

of 34dB for Flo=1GHz is close to the 6dB degradation expected 

as per (22) with respect to Flo=500MHz case. 

 Figure 19 shows linearity measurements for a 10MHz BW 

filter 1 configuration with Flo=500MHz and C=70pF. While the 

in-band IIP3 was measured to be about +8.2dBm, OOB IIP3 was 

better than +21.4dBm, and OOB IIP2 was better than +64dBm 

without calibration, both at 12MHz offset from the LO 

frequency. The measured blocker 1-dB gain compression point 

(B1dB,CP) was +13dBm at 40MHz offset. The measured S11 and 

blocker NF are shown in Fig. 20, both for filter 1 configuration. 

The S11 is better than -10dB for Flo<800MHz, and only degrades 

to -9dB at Flo =1GHz. The S11 worsens at higher LO frequencies 

due to input parasitic capacitance from RDACs, input pads, 

package, etc. [20]. The measured NF was 7dB at Flo=500MHz 

and worsens by only 4.5dB when a 0dBm CW blocker was 

present at 30MHz offset. This is consistent with the simulated 

phase noise of the LO divider (-165dBc/Hz at 30MHz offset). 

The blocker NF is fairly constant with OOB blocker offset 

(since phase noise of the frequency divider is flat over 

frequencies). The linearity, S11 and noise measurements did not 

vary appreciably between filter configurations.  

 Table I compares this work with recent designs. This work 

maintains the high linearity of prior FA work [17], especially 

with respect to close-in blockers, while achieving sharper 

filtering and higher suppression than prior art. Good S11 is 

achieved while not degrading the NF. Nevertheless, recent 

advances in N-path filter [9] and mixer-first receiver techniques 

[15] have shown promising results in achieving high small-

signal linearity at large offsets while matching the performance 

of this work at lower offsets and in large-signal linearity. 

Hence, avenues of combining such techniques with ideas from 

this work and noise cancellation may lead to further 

improvements in state-of-the-art receiver design. Increasing 

number of interleaving paths also has benefits in terms of higher 

filter sharpness [16] and lower antenna reradiation [20] that can 

be explored in future work.  

V. CONCLUSION 

This paper detailed a time-interleaved FA-based receiver 

front end. By using two time-interleaved sampled-and-held 

circuits, sharper filtering is achieved while simultaneously 
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Fig. 18.  (a) Measured baseband image filter responses (5MHz baseband BW) 
in filter 3 configuration with intentional timing shifts in RDAC controls of one 

path. (b) Baseband image filter compared to image filter (both upper and lower 

sidebands) for Flo=500MHz (10MHz RF BW in filter 3 configuration). (c) 
Variation of worst-case image filter magnitude with LO frequency, Flo. 
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Fig. 20. (a) Measured S11 for filter 1 configuration. (b) Measured noise figure 

in the presence of a continuous wave blocker at Δf=30MHz for a 10MHz RF 

BW filter with Flo=500MHz in filter 1 configuration. 
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Fig. 19.  (a) Measured IIP3 and B1dB,CP for different frequency offsets from LO. 

(b) OOB IIP3 at Δf=12MHz for LO varied from 0.1-1GHz, both for a 10MHz 
RF BW filter in filter 1 configuration. 
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maintaining a good S11. Techniques were introduced for 

alleviating important circuit parasitics, while requirements on 

matching between time-interleaved paths were also derived. 

Measurement results indicate that the filter stop-band 

suppression achieved is higher than 70dB with a transition band 

of only 4 times the RF bandwidth. 
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TABLE I 
COMPARISON TABLE 
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Darvishi [7] 
ISSCC ‘13 

Xu [4] 
JSSC ‘16 

Murphy [11] 
JSSC ‘12 

Lien [15] 
JSSC ‘18 

Hameed [17] 
ISSCC ‘16 

This Work 

Architecture N-path N-path +                 

DT Filtering 

Noise cancelling 

mixer-first 

Mixer-first with 

positive cap feedback 

FA with 

S11 constraint 

Time-interleaved FA 

 

Technology 65nm 40nm 40nm 45nm SOI 65nm 65nm 

RF Frequency (GHz) 0.1-1.2 0.1-0.7 0.08-2.7 0.2-8 0.1-1 0.1-1 

RF Input Differential Differential Single-ended Differential Single-ended Differential 

BW* (MHz) 8 6.4-9.6 4 20 2.5-40 2.5-40 

Stop-band Rejection 

(Transition BW) 

59dB 

(12×BW) 

>70dB 

(~8.5×BW) 

NA >25dB 

(~4.5×BW) 

>35dB (2.5×BW) 

>50dB (6.5×BW) 

>45dB (1.7×BW) 

>70dB (4×BW) 

In-band IIP3 (dBm) -12 NA -20 0 +5 +8 

Out-of-band IIP3 (dBm) +26 

(∆f=6.25×BW) 

+24 

(∆f=4.7×BW) 

+13.5 

(∆f=20×BW) 

+39 

(∆f=4×BW) 

+17 

(∆f=1.2×BW) 

+21 

(∆f=1.2×BW) 

Out-of-band IIP2 (dBm) NA NA +55 +88 

(∆f=4×BW) 

+60 

(∆f=1.2×BW) 

+64 
(∆f=1.2×BW) 

B1dB,CP (dBm) +7 

(∆f=6.25×BW) 

+14.7 

(∆f=4.7×BW) 

-2 

(∆f=20×BW) 

+8 (∆f=2×BW) 

+12 (∆f=4×BW) 

+0.7 (∆f=2×BW) 

+8 (∆f=4×BW) 

+9.5 (∆f=2×BW) 

+13 (∆f=4×BW) 

S11 (dB) -5 to -8 <-10 <-8.8 <-10 <-10 <-9 

Gain (dB) 25 40 72 21 18.9 23 

NF (dB) 2.8# 6.8-9.7# 1.9 2.3-5.4# 

(0.5-6GHz Flo) 

6-7.5 6.5-8.5# 

Supply Voltage (V) 1.2 1.2/1.6 1.2/2.5 1.2 1.2/1 1.2/1 

Power Consumption 18-57.6mW 59-105mW 35.1-78mW 50mW+30mW/GHz 66.8-74mW 75-99+mW 

Area (mm2) 0.27 1.2 1.2 0.8 2 2.3 

*RF bandwidth (twice the baseband bandwidth) 
#Excludes balun loss 
+Varies with Flo (86mW for Flo=0.5GHz) 
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